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Abstract
The Doherty power ampliﬁer (DPA) is one of the most popular power ampliﬁer
(PA) architectures used to obtain high eﬃciency for modern communication
signals having high peak-to-average power ratios. Its often narrowband per-
formance does, however, make it diﬃcult for the DPA to meet the increasing
demands of frequency agility in modern wireless communication systems. This
thesis examines the theoretical and practical bandwidth limitations of the DPA
and presents new methods to overcome them.
A new type of output network topology that serves to reduce the inﬂu-
ence of device output parasitics and to overcome manufacturing limitations,
thereby extending the bandwidth, is proposed. The utility of the network is
demonstrated by implementation in a gallium nitride (GaN) monolithic mi-
crowave integrated circuit (MMIC) DPA. Measurements show that by doing
so, a power added eﬃciency (PAE) higher than 30% at 9 dB output power
back-oﬀ (OPBO) is obtained across a 6.7–7.8 GHz frequency range.
To overcome the inherent bandwidth limitations imposed by the impedance
inverter, a modiﬁed DPA is proposed. A comprehensive theoretical analysis
is presented which shows that the modiﬁed DPA has a signiﬁcantly larger
bandwidth compared to the standard DPA, as well as reconﬁgurable eﬃciency.
The theoretical ﬁndings are validated by the design and characterization of two
demonstrator circuits. The ﬁrst circuit, having dual RF-inputs and using bare-
die GaN devices, has a drain eﬃciency higher than 48 % at both full output
power and at 6 dB OPBO across a 1.5–2.4 GHz frequency range. The second
circuit is a single RF-input GaN MMIC DPA that delivers a PAE higher than
30% at 9 dB OPBO from 5.8 to 8.8 GHz, constituting a fractional bandwidth
of 41%.
To achieve bandwidths greater than one octave, a linear multi-harmonic
analysis method based on a Doherty-outphasing continuum is proposed. By
using this method a dual RF-input ampliﬁer is designed. Measurements show
that the ampliﬁer provides more than 45% PAE at 6 dB OPBO over a 1.0–
3.0 GHz frequency range, corresponding to a 100% fractional bandwidth.
In summary, the results presented in this thesis shows that the DPA no
longer needs be considered as a necessarily narrowband ampliﬁer. This thesis
is therefore an important contribution in the pursuit of high eﬃciency and
frequency agile power ampliﬁers targeting the needs in future mobile commu-
nication systems.
Keywords: Broadband ampliﬁers, Doherty, gallium nitride, GaN, high eﬃ-
ciency, microwave, MMIC, power ampliﬁer, wideband
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Chapter 1
Introduction
I remember how I as a young boy in the late 1980’s tried to ﬁgure out what
would be the next great invention. There were already TV, cars, video games,
VCRs, airplanes, space rockets, and for a young boy it seemed like everything
was invented. I was therefore proud when I told my mother that I had found
an answer to my broodings; In the future everybody will have cable-TV. I
don’t remember if this was the result of a well-reasoned analysis or a manifest
of my jealousness of my friends who always could watch the latest cartoons on
their cable network. No matter what the reason was, the prediction was not
that bad. The big invention was about to become known for the public, and
one could say that cable-tv for everybody was part of it, it was an invention
that would revolutionize how we create, share, and consume information, it
was the Internet and the World Wide Web.
The introduction of the Internet and how it impacts our lives did however
not happen overnight. There has been an ongoing evolution from a slow net-
work mainly used for sharing text into an orders of magnitude faster network
that enables high deﬁnition video streaming, cloud sharing, computer gaming,
social networking, etc. We are now experiencing what very well may be the
next leap in the evolution of Internet as we move from ﬁxed line connections
into wireless and mobile access. Fig. 1.1 shows that from having been less than
1% up to 2010, mobile Internet Protocol (IP) traﬃc is expected to account for
more than 10% of the total IP traﬃc in 2018. In absolute values, the mobile
IP traﬃc has increased from 91 PB/month in 2009 to 1487 PB/month in 2013
and is expected to exceed 15800 PB/month in 2018, that is 173 times more
than in 2009 [1–7]. There is no doubt that such an evolution will enable inven-
tions and applications that a young boy, despite loads of imagination, could
not even dream of 25 years ago.
An important factor that has driven the rapid increase of the mobile data
traﬃc is the introduction of portable devices such as smart phones and tablets.
Many of these devices are however not utilized to their full capacity, often
due to slow connections but also due to the data limitations many telecom
operators have introduced to avoid overloading their networks. It is therefore
reasonable to believe that the demand for mobile data is signiﬁcantly larger
than what can be supplied and that it is the capacity and speed of the mobile
infrastructure that determines the amount of mobile data that is consumed.
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Figure 1.1: Development and prediction of total amount of IP traﬃc and
mobile IP traﬃc share of total IP traﬃc [1–7].
The wireless connections, such as the wireless access between the user and
the radio base station (RBS), and the wireless point-to-point (PTP) links used
to transfer data between system nodes, are often identiﬁed as bottlenecks of the
mobile infrastructure. Increasing the capacity and speed of these connections
is therefore essential in order to reach the predictions of a continuously and
rapidly growing mobile data traﬃc. Three main methods can be identiﬁed
for enabling this: smaller cell sizes, larger bandwidths, and higher spectral
eﬃciency [8]. As is discussed below, all these methods set new requirements
on the power ampliﬁer (PA) needed in all mobile communication transmitters
to amplify the information carrying signal to its required power level.
Smaller cell sizes imply that more wireless transmitters must be deployed.
To make such investments aﬀordable the transmitters must be designed for
low cost, small size, and low complexity. A key factor to obtain this is to
reduce their energy consumption, thereby giving lower electricity bills for the
operators and reduced hardware complexity since less care has to be taken
to thermal management. Reduced energy consumption can also increase the
use of ”power over Ethernet” solutions or the use of local energy sources,
such as solar cells, thereby simplifying installation in rural areas with deﬁcient
electrical power-infrastructure. There are also environmental and ecological
reasons why the energy consumption should be low. In [9] it is reported that
in 2007 mobile networks alone represented 0.2% of the global CO2 equivalent
emissions and it is estimated that this number will increase to 0.4% in 2020.
Because of these reasons, METIS1 has settled on an agreement that the future
5G systems should have “a similar cost and energy dissipation per area as
in today’s cellular systems” [10]. A true challenge considering the high data
rates aimed for in 5G. At the same time, it has been shown that up to 40–
60% of the total transmitter energy consumption can be attributed to the PA.
Increasing the energy eﬃciency of the PA is therefore essential to reduce cost
and complexity of present systems, to enable future standards, as well as to
1METIS, (Mobile and wireless communications Enablers for Twenty-twenty (2020) Infor-
mation Society), is a consortium of 29 partners coordinated by Ericsson AB and is co-funded
by the European Commission. The project objective is to lay the foundation for a future
mobile communications system for 2020 and beyond (5G).
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limit the eﬀect on the environment and climate (and possibly also to avoid
bad publicity for the telecom industry).
Increasing the capacity by extending the bandwidth requires that the PA is
wideband in the sense that it can work properly over the signal frequency band.
Furthermore, the scarcity of the frequency spectrum and the need of frequency
planning has resulted in a wide spread of carrier frequencies. For example, the
4G standard Long Term Evolution2 (LTE) utilizes carrier frequencies ranging
from 703 MHz to 3.8 GHz [12]. To keep the complexity of transmitters low it
is therefore important that the PA is wideband also in the sense that it can
support a diversity of carrier frequencies.
It should be noted that the two deﬁnitions of the term wideband, the ability
to support a large signal bandwidth, and the ability to support carrier frequen-
cies over a large frequency range, do not always coincide [c]. Throughout this
thesis, if not else is stated, the latter deﬁnition is used.
Increased spectral eﬃciency means that more information can be trans-
mitted over a given bandwidth. One method to obtain this is to use multiple
transmitter and receiver antenna systems. One such method is multiple input
multiple output (MIMO) which is integrated in the LTE standard where up
to four transmitter and receiver units can be used in the downlink [13]. It is
today speculated that massive MIMO, where possibly hundreds or even thou-
sands of transmitter and receiver units are employed, will be an important part
of coming 5G standards [14]. However, such solutions require that each unit
has small size, low complexity and low cost which again necessitates energy
eﬃcient and wideband PAs.
The spectral eﬃciency can also be increased by employing higher order
modulation formats. However, as is discussed in the next sections, increasing
the order of the modulation format can have large impact on how the PA
should be designed to fulﬁll the requirements of e.g. high energy eﬃciency
and wideband performance.
1.1 High eﬃciency PA requirements
Fig. 1.2 shows the output power probability density functions (PDFs) of a
Global System for Mobile Communications- (GSM), Wideband Code Division
Multiple Access- (WCDMA), and LTE-signal3. Compared to the GSM-signal
which has a constant signal amplitude, the amplitudes of the WCDMA and
LTE-signals varies signiﬁcantly. The reason for this is that the WCDMA
and LTE-standards utilize Quadrature Amplitude Modulation (QAM) that,
in contrast to the Gaussian Minimum Shift Keying (GMSK) modulation used
in the GSM-standard, is both phase and amplitude modulated which increases
the spectral eﬃciency [15–17].
Fig. 1.2 also shows how the drain eﬃciency, deﬁned as the ratio of the
2Although LTE in its original release not fulﬁll the requirements for 4G speciﬁed in
International Mobile Telecommunications-Advanced (IMT-Andvanced), the International
Telecommunication Union Radiocommunication Sector (ITU-R) has agreed that LTE still
can be branded as 4G [11].
3Note that the exact properties of a signal varies depending on how it is generated. Other
LTE- and WCDMA-signals can therefore have PDFs and PAPRs that deviate from what is
shown in Fig. 1.2 and tabulated in Table 1.1.
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Figure 1.2: Probability density functions (PDFs) of a GSM, WCDMA and
LTE signal. Note that the PDF of the GSM signal ideally is a Dirac delta
function and that it has been downsized for clarity. The ﬁgure also shows how
the drain eﬃciency for an ideal class-B ampliﬁer depends on output power.
radio frequency (RF) output power and the consumed direct current (DC)
power η = Pout/PDC , of an ideal class-B ampliﬁer depends on the output
power. As can be seen, the eﬃciency is high at the maximum power level
where the GSM-signal operates but is signiﬁcantly lower where the PDF of
the WCDMA and LTE-signals is large.
The average drain eﬃciency ηavg when amplifying an amplitude modulated
signal depends on the signal PDF and the eﬃciency of the PA according to,
ηavg =
Pout,avg
PDC,avg
=
∫ Pmax
0
Pout · ρ(Pout)dPout∫ Pmax
0
Pout
η(Pout)
· ρ(Pout)dPout
, (1.1)
where ρ is the signal PDF. Thus, ηavg for the ideal class-B ampliﬁer can be
calculated for the signals in Fig. 1.2. The result is reported in Table 1.1 to-
gether with the signal peak to average power ratio (PAPR), deﬁned as the
ratio between the peak power and the average power, Pmax/Pavg. Due to its
low back-oﬀ eﬃciency, the class-B ampliﬁer has a considerably lower average
eﬃciency for the amplitude modulated signals. For this reason, the introduc-
tion of amplitude modulated signals in mobile communication has triggered a
strong interest for PAs with enhanced back-oﬀ eﬃciency.
Table 1.1: The peak to average power ratio for diﬀerent signals and the the-
oretical average drain eﬃciency when amplifying them with an ideal class-B
ampliﬁer
GSM WCDMA LTE
PAPR (dB) 0 6.7 9.0
ηavg (%) 78.5 41.4 31.5
1.2 Eﬃciency enhancement techniques
The eﬃciency behavior of the class-B ampliﬁer in Fig. 1.2 can be qualita-
tively understood by examining its load-line in Fig. 1.3. As can be seen, the
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Figure 1.3: The load-line of the class-B ampliﬁer at full output power and at
6 dB back-oﬀ.
load-line utilizes the full voltage swing at full output power, thereby ensuring
high eﬃciency. However, it can also be seen that the voltage swing is reduced
in output power back-oﬀ (OPBO), resulting in an unnecessary high supply
voltage VDS
4 and consequently low back-oﬀ eﬃciency. For this reason, all eﬃ-
ciency enhancement techniques strives to, in one way or another, manipulate
the load line to obtain full voltage swing also in back-oﬀ.
This section provides a brief discussion about the techniques that can be
used to enhance the back-oﬀ eﬃciency, for a more thorough review see e.g. [18].
To facilitate the understanding of their diﬀerent working principles, the load
line of the class-B ampliﬁer is used. It must however be noted that many of the
techniques also can be implemented by using other modes of operation such as
class-A, -AB, -C and -J; or diﬀerent types of switch-mode operations such as
class-E, -D, -F, and -F−1. There are also more exotic eﬃciency enhancement
techniques that are purely based on switch-mode operation. Example of such
techniques are pulse width modulation [19,20], burst mode operation [21], and
class-S [22, 23]. However, in interest of focusing on the most commonly used
techniques, these switch-mode eﬃciency enhancement techniques will not be
further examined.
1.2.1 Supply modulation
The principle of supply modulation is illustrated in Fig. 1.4. By reducing
the supply voltage VDS when the output power is backed-oﬀ, e.g. by using
an envelope ampliﬁer (EA), the eﬃciency is maintained high also for small
output powers. Depending on the control of the EA and the PA, supply
modulation can be divided into the main categories Envelope Elimination and
Restoration (EER), ﬁrst proposed by Kahn in 1952 [24], Envelope Tracking
(ET), and Polar [18]. All these techniques have the attractive feature that
the design of the EA ideally is decoupled from the PA which in theory makes
supply modulation very suitable for wideband and eﬃcient transmitters [18].
However, it has also been shown that best performance still is obtained when
the EA and PA are co-designed [25]. A drawback of supply modulation is
that the performance of any supply modulated PA is much dependent on the
4All notations used throughout this thesis uses High Electron Mobility Transistor
(HEMT)-terminology.
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Figure 1.4: The supply modulation (a) load-line and (b) architecture princi-
ples.
EA eﬃciency, bandwidth, peak power, dynamic range, etc., thus making the
design of high performance EAs a research topic of its own [26]. Nevertheless,
supply modulation attracts much attention and very interesting results has
indeed been reported, e.g. [25, 27–32] to mention a few. An example of how
supply modulation has found its way to consumer products is the Samsung
GALAXY Note 3 where ET is implemented in the radio unit [33].
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Figure 1.5: Example of a load modulated load-line.
1.2.2 Load modulation
Full voltage swing in back-oﬀ may also be obtained by modulating the PA load
impedance, thereby changing the slope of the load-line as shown in Fig. 1.5.
One method to do this is dynamic load modulation (DLM) where tunable
elements, such as varactors or switches, are used to dynamically change the
PA load impedance as the signal envelope varies, see Fig. 1.6a. In contrast to
supply modulation, the external circuit needed to control the tunable elements
does not have to supply any signiﬁcant amount of power thereby simplifying
its design and reducing its negative inﬂuence on the overall performance.
DLM is still a rather new technique and has not gained the same atten-
tion as e.g. ET. Nevertheless, interesting results have recently been pub-
lished, demonstrating that DLM can be used both to provide wideband per-
formance [34] as well as high power [d]. Besides modulating the load for higher
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Figure 1.6: The (a) dynamic load modulation, and (b) active load modulation
architecture principles.
eﬃciency, theoretical studies show that DLM architectures also may be used to
simultaneously adjust for changes in the antenna impedance [35]. This makes
DLM very interesting for applications where large variation of the antenna
impedance can be expected, e.g. in handheld devices.
Load modulation can also be obtained by active load-pull between two or
more sub-ampliﬁers and is then referred to as active load modulation (ALM).
Fig. 1.6b shows a generic topology for the most common case where two sub-
ampliﬁers are used. By varying the amplitude and phase balance between the
output currents I1 and I2, the load impedances Z1 and Z2 can be modulated.
Two of the most common ALM techniques are outphasing, originally proposed
as an eﬃciency enhancement technique by H. Chireix [36]; and Doherty, orig-
inally proposed by W. H. Doherty [37].
In outphasing, I1 and I2 typically have the same amplitude, and load mod-
ulation is achieved by varying the phase between them as the signal envelope
varies. However, this requires that the phase between the input signals can
be quickly and accurately controlled. Outphasing ampliﬁers are therefore im-
plemented with separate RF-drivers for each sub-ampliﬁer, thus making the
implementation fairly complex. Still, it seems like the interest for outphasing
PAs is increasing and very interesting results have indeed been reported in
recent time [38,39].
In contrast to the outphasing PA, the Doherty PA (DPA) relies on a static
phase between the sub-ampliﬁer output signals. Instead, load modulation
is achieved by varying their amplitude relationship. The advantage of the
DPA is that correct amplitude relations in most cases can be obtained by
using a single RF-driver in combination with an analog power splitter and
proper sub-ampliﬁer gate-bias. This makes the DPA the only of the eﬃciency
enhancement techniques that do not require any additional drivers or control
circuits.
The combination of good eﬃciency and simple implementation has made
the DPA the workhorse in many of today’s commercial RF-transmitters for
mobile communication. The DPA has, however, for a long time been regarded
as a narrowband PA. For example, Cripps mentions a bandwidth limit of
10% in [18]. The DPA has therefore a hard time to meet the requirement of
wideband performance that is desirable, or even required, for PAs in present
and future communication systems.
8 CHAPTER 1. INTRODUCTION
1.3 Thesis contribution
This thesis investigates theoretical and practical bandwidth limitations of the
DPA and presents new methods to overcome them. It is acknowledged that
the device output parasitics, and the method used to compensate for them, in
many cases is the main source of DPA-bandwidth degradation. It is therefore
important that the parasitics are eﬀectively compensated for in a broadband
manner. However, non-ideal behavior of electrical components and limitations
in manufacturing techniques often narrows the number of practical solutions
available. This is extra problematic in monolithic microwave integrated circuit
(MMIC) implementations where area and dimension restrictions, together with
poor current handling capabilities and high losses, often constrains the design
freedom. As a ﬁrst contribution, the work in [A] suggests a practical solution
that serves to reduce the inﬂuence of output parasitics and to overcome manu-
facturing limitations, thereby extending the DPA bandwidth. To demonstrate
the utility of the presented technique, a gallium nitride (GaN) MMIC DPA
aiming for microwave PTP communication applications is presented.
Besides the output parasitics, it is a well-known fact that the DPA has an
inherent bandwidth limitation due to its required impedance inverter. A mod-
iﬁcation of the DPA that serves to signiﬁcantly extend its inherent bandwidth
is therefore presented in [B]. In addition, it is also shown that the introduced
modiﬁcation enables the eﬃciency to be reconﬁgured without the need of tun-
able elements. The suggested modiﬁcations and the theoretical ﬁndings are
proven by a dual RF-input demonstrator circuit showing both excellent band-
width and reconﬁgurable eﬃciency. The idea in [B] is further developed in [C]
where it is theoretically shown that both the bandwidth enhancement and the
eﬃciency reconﬁguration can be obtained also in a single RF-input conﬁgura-
tion. The utility of the presented theory is demonstrated by the design and
fabrication of an ampliﬁer made in the same commercial GaN MMIC process
as the circuit in [A]. Measurements show that the ampliﬁer can be biased to
provide nearly twice the bandwidth compared to the circuit in [A], as well as
state-of-the-art linearity.
Even though the bandwidth limitations imposed by the device output par-
asitics and the impedance inverter may be greatly reduced, the work in [A–C]
shows that they still limit the achievable bandwidth. To achieve bandwidths
even larger than one octave, [D] presents a novel design method based on a
Doherty-Outphasing continuum. The method is supported by the design and
characterization of a demonstrator circuit with more than 100% fractional
bandwidth.
In summary, this thesis contributes with three distinct solutions that evolve
the traditionally regarded narrow band DPA into an ampliﬁer that provides
signiﬁcantly enhanced back-oﬀ eﬃciency for bandwidths extending beyond the
octave bandwidth limit.
Chapter 2
The Doherty power
ampliﬁer
In the pursuit of increased bandwidth for the DPA, it is essential to understand
the principle of its operation. In [18] a good introduction to the DPA is
given, however, the theory only focuses on the speciﬁc conﬁguration where
the eﬃciency peaks at 6 dB OPBO, and bandwidth issues are not addressed.
The purpose of this chapter is to provide a more complete theory including
diﬀerent conﬁgurations of the DPA as well as its frequency response.
In the ﬁrst section a simple and straight forward theory for describing the
DPA at the center frequency is presented and it is shown that the eﬃciency
behavior in back-oﬀ is a design parameter that determines how to choose the
load impedance and the driving conditions. In the second section, the analysis
is extended to also include the frequency response and it is demonstrated how
the DPA-architecture limits the eﬃciency bandwidth in back-oﬀ. The theory
to be presented remains much idealized throughout this entire chapter. The
main and auxiliary ampliﬁers are represented by ideal half-wave rectiﬁed volt-
age controlled current sources, having constant transconductance, short circuit
harmonics, zero knee-voltage, and a drain-to-source bias VDS . Hence, eﬀects
from using auxiliary ampliﬁer class-C bias, non-ideal harmonic terminations,
or limitations imposed by the input network, are not addressed.
2.1 Center frequency analysis
Fig. 2.1 shows the basic conﬁguration of the DPA. The topology consists of
a main and an auxiliary ampliﬁer that are combined on the output via a
λ/4-transmission line impedance inverter1 having a characteristic impedance
ZC [40]. The sub-ampliﬁers are thereafter connected to the common load RL.
The input consists of a power divider and a λ/4-transmission line at the input
of the auxiliary ampliﬁer that serves to give the same phase delay through the
two ampliﬁer paths.
1The λ/4-transmission line impedance inverter is hereafter referred to as the λ/4-
impedance inverter.
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Figure 2.1: Basic conﬁguration of the Doherty power ampliﬁer.
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Figure 2.2: Schematic of the Doherty power ampliﬁer output network. The
main and auxiliary ampliﬁers are represented by the current sources Im and
Ia, respectively.
The output network of the DPA can be schematically illustrated as in
Fig. 2.2. Note that, although not indicated in the ﬁgure, it is assumed that
all harmonic frequencies are short circuited and that both sub-ampliﬁers have
their drain terminals biased at VDS . The ampliﬁers are represented by current
sources having fundamental output currents Im and Ia that depends on the
ampliﬁer voltage drive level 0 ≤ ξ ≤ 1 as,
Im = ξ
Imax,m
2
, (2.1)
Ia =
{
0 0 ≤ ξ ≤ ξb
Imax,m
2
ξ−ξb
ξb
ejφ ξb < ξ ≤ 1 , (2.2)
where the variable ξb is the drive level at the onset of the auxiliary ampliﬁer
and Imax,m is the maximum current of the main ampliﬁer. The phase balance
φ2 is given as −f¯π/2 where f¯ = f/f0 is the frequency normalized to the center
frequency f0. The amplitudes of Im and Ia are plotted versus drive level in
Fig. 2.3 where it is shown how the value of ξb determines the auxiliary ampliﬁer
current onset, maximum value, and increase rate.
The main and auxiliary ampliﬁers output voltages, Vm and Va (Fig. 2.2)
are given by,
Vm = Z11Im + Z12Ia (2.3)
2Note that the sign of φ is changed compared to what is used in [B]. The reason for this
is to make the deﬁnition consistent with what is used in [C–E].
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Figure 2.3: The amplitudes of the output currents Im and Ia, normalized to
Imax,m/2, versus drive level for ξb = 0.3, 0.4, and 0.5, respectively.
Va = Z21Im + Z22Ia (2.4)
where the impedance values are given by the impedance matrix (2.5) for the
dashed two-port in Fig. 2.2 [41].
Z =
[
ZC
RL cos (f¯π/2)+jZC sin (f¯π/2)
ZC cos (f¯π/2)+jRL sin (f¯π/2)
ZCRL
ZC cos (f¯π/2)+jRL sin (f¯π/2)
ZCRL
ZC cos (f¯π/2)+jRL sin (f¯π/2)
ZCRL cos (f¯π/2)
ZC cos (f¯π/2)+jRL sin (f¯π/2)
]
. (2.5)
Note that the voltage over the load RL is equal to the auxiliary ampliﬁer
output voltage Va.
The values of ZC and RL that optimizes the output power and eﬃciency
at the center frequency are derived from (2.3)–(2.5) as follows: Starting with
ZC , we ﬁrst observe from (2.4) and (2.5) that the auxiliary ampliﬁer output
amplitude becomes |Va| = |Im|ZC at the center frequency. The value of ZC
should therefore be set to maximize the eﬃciency of the auxiliary ampliﬁer,
that is, the amplitude |Va| should equal the drain-to-source bias VDS at peak
power. Hence, using the requirement of |Va| = VDS when ξ = 1 and f¯ = 1
gives,
ZC =
2VDS
Imax,m
= Ropt, (2.6)
where Ropt is the optimum class-B load for a given transistor [18].
For drive levels where Ia = 0, the expression for Vm in (2.3) can at the
center frequency be written as,
Vm =
Imax,m
2
ZCξ
(
ZC
RL
− 1
ξb
)
+
Imax,m
2
ZC . (2.7)
Thereby, by choosing,
RL = ξbZC , (2.8)
the ﬁrst term in (2.7) becomes zero which gives Vm = ZCImax,m/2 = VDS , for
all drive levels ξ ≥ ξb. Fig. 2.4 shows the normalized output voltage amplitudes
|Vm|/VDS and |Va|/VDS versus drive level when ZC and RL are set according
to (2.6) and (2.8), and f¯ = 1. As expected, |Vm| equals VDS for all drive
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Figure 2.4: The amplitudes of the output voltages Vm and Va, normalized to
VDS , versus drive level ξ for ξb = 0.3, 0.4, and 0.5.
levels in the high power region, that is when ξb < ξ ≤ 1, thereby ensuring high
eﬃciency operation. Furthermore, the linear relationship between |Va| and ξ
implies that the DPA provides perfectly linear gain.
The fact that RL is a function of ξb implies that ξb most often is a ﬁxed
value since RL otherwise has to be reconﬁgurable. This makes it important for
the designer to understand at which output power levels high eﬃciency should
be prioritized.
In order to calculate the eﬃciency of the ampliﬁer, the output power and
DC-power consumption are ﬁrst identiﬁed to [18],
Pout =
|Va|2
2RL
=
ZC |Im|2
2ξb
, (2.9)
PDC =
2VDS (|Im|+ |Ia|)
π
. (2.10)
The drain eﬃciency is thereafter given by,
η =
Pout
PDC
=
πZC |Im|2
4VDSξb (|Im|+ |Ia|) . (2.11)
The result is shown in Fig. 2.5 where the drain eﬃciency is plotted ver-
sus the normalized load voltage |Va|/VDS , and versus OPBO. As can be
seen, a smaller value of ξb gives a higher eﬃciency in back-oﬀ with a deeper
eﬃciency-dip between the two eﬃciency peaks. The OPBO-level where the
eﬃciency peaks in back-oﬀ, herein referred to as PBO, depends on ξb as
PBO = −20 log (ξb), and is indicated in Fig. 2.5 for reference.
The theory presented in this section has shown how a simple combina-
tion of two sub-ampliﬁers, together with correct driving conditions and load
impedance, can give very good eﬃciency performance while perfect linearity
is maintained. It was also demonstrated how the value of ξb inﬂuences the
eﬃciency, the driving conditions, and the choice of load impedance.
In the next section, the analysis is extended to also include the frequency
response of the DPA and it is shown how the λ/4-impedance inverter aﬀects
the bandwidth for diﬀerent values of ξb.
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Figure 2.5: The drain eﬃciency versus (a) normalized load voltage ampli-
tude |Va|/VDS , and (b) output power back-oﬀ, for ξb = 0.3, 0.4, and 0.5.
PBO1 = 10.5 dB, PBO2 = 8 dB, and PBO3 = 6 dB, associated with ξb = 0.3,
ξb = 0.4, ξb = 0.5, respectively, are indicated in (b)
2.2 Frequency response analysis
Using (2.5), the relation in (2.8), the current relations in (2.1) and (2.2), and
the expressions for the main and auxiliary ampliﬁers output voltages in (2.3)
and (2.4), the expression of Vm and Va are derived as functions of ξ, ξb, and
f¯ ,
Vm =
⎧⎪⎪⎨
⎪⎪⎩
VDS
(
ξξb cos (f¯π/2) + jξ sin (f¯π/2)
cos (f¯π/2) + jξb sin (f¯π/2)
)
0 ≤ ξ ≤ ξb
VDS
(
(ξξb + ξ − ξb) cos (f¯π/2) + jξb sin (f¯π/2)
cos (f¯π/2) + jξb sin (f¯π/2)
)
ξb < ξ ≤ 1
(2.12)
Va =
⎧⎪⎪⎨
⎪⎪⎩
VDS
(
ξξb
cos (f¯π/2) + jξb sin (f¯π/2)
)
0 ≤ ξ ≤ ξb
VDS
(
ξξb + (ξ − ξb) cos (f¯π/2)(cos (f¯π/2)− j sin (f¯π/2))
cos (f¯π/2) + jξb sin (f¯π/2)
)
ξb < ξ ≤ 1
(2.13)
Fig. 2.6 shows how |Vm| and |Va| from (2.12) and (2.13) depends on drive
level at diﬀerent frequencies when ξb = 0.5. As can be seen in Fig. 2.6a, the
large voltage swing at the output of the main ampliﬁer no longer is maintained
in the high power region when the frequency diverges from the center frequency
which indicates a reduced eﬃciency. In addition, the relationship between |Va|
and ξ, depicted in Fig. 2.6b, is only linear at the center frequency which implies
that linear gain is not maintained outside the center frequency.
Fig. 2.7 shows how the reduced voltage swing on the output of the main
ampliﬁer aﬀects the eﬃciency. As observed, the eﬃciency in back-oﬀ is signif-
icantly reduced outside the center frequency. However, it is important to note
that neither the eﬃciency, nor the gain, are aﬀected by the frequency at peak
power.
How the eﬃciency at PBO depends on frequency for diﬀerent settings of ξb is
shown in Fig. 2.8. As can be seen, the frequency range where high eﬃciency is
obtained in back-oﬀ becomes more narrow when ξb is decreased. For example,
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Figure 2.6: The amplitudes of, (a) the main ampliﬁer voltage |Vm|, and (b)
the auxiliary ampliﬁer voltage |Va|, normalized to VDS , versus drive level ξ for
diﬀerent frequencies.
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Figure 2.7: The drain eﬃciency versus, (a) normalized load voltage amplitude
|Va|/VDS , and (b) output power back-oﬀ, for diﬀerent frequencies.
the drain eﬃciency at 6 dB OPBO is maintain larger than 70% over a 22%
fractional bandwidth when ξb = 0.5, whereas for ξb = 0.3 the bandwidth is
reduced to 10%.
Assuming a reference impedance ZC , the electrical length of the λ/4-
impedance inverter becomes equal to the phase of S21. Hence, as long as S11
and S22 are zero, the drain eﬃciency is determined by ∠S21 of the impedance
inverter. The curves in Fig. 2.8 are therefore also plotted versus ∠S21 which in
following chapters makes it possible to estimate the feasible DPA-bandwidth
when using non-ideal impedance inverters in real implementations.
How the frequency response of the back-oﬀ eﬃciency aﬀects the average
eﬃciency is calculated for the 6.7 PAPR WCDMA and 9.0 dB PAPR LTE-
signal by using (1.1). Since the signals have diﬀerent PAPR, the values of ξb
have been set to ξb = 0.5 and ξb = 0.4 for the WCDMA-signal and the LTE-
signal, respectively. The result in Fig. 2.9 shows two interesting things: Firstly,
ηavg is lower for the LTE-signal than for the WCDMA-signal even though ξb
has been optimized in both cases. The reason for this is that the eﬃciency at
power levels between PBO and Pmax is reduced when ξb is increased, as shown
in Fig. 2.7. Secondly, Fig. 2.9 shows that the LTE-signal gives a faster eﬃciency
roll-oﬀ versus frequency. This is because of the increased signal PAPR that
makes the average eﬃciency more dependent on the back-oﬀ eﬃciency, for
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Figure 2.9: The average drain eﬃciency for the 6.7 dB PAPR WCDMA and
9.0 PAPR LTE-signals when ξb = 0.5 and 0.4, respectively.
which the frequency dependence is larger.
The reason for the increased inherent bandwidth limitation of the DPA can
be qualitatively understood by the way the λ/4-impedance inverter transforms
ZmT to Zm,
Zm = ZC
ZmT + jZC tan (f¯π/2)
ZC + jZmT tan (f¯π/2)
. (2.14)
At peak power, ZmT equals ZC , and the numerator and denominator in (2.14)
becomes equal which makes Zm, and consequently also the eﬃciency and gain,
independent of frequency. Conversely, in the low power region where Ia = 0,
ZmT equals RL, which makes Zm dependent on both the ratio ZC/RL and the
electrical length of the impedance inverter f¯π/2. This is a straightforward, yet
powerful observation, that is used in Chapter 4 to ﬁnd a method that extends
the inherent DPA-bandwidth signiﬁcantly.
2.3 Chapter summary
This chapter has presented an idealized theory describing the standard DPA.
It has been shown how the performance and driving conditions depends on
frequency and the choice of ξb. It was demonstrated that the DPA has an in-
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herent bandwidth limitation that gives a drastically reduced back-oﬀ eﬃciency
outside the center frequency, and consequently reduced average eﬃciency for
modulated signals. It was also shown that this dependence becomes more
severe for large signal PAPRs and small values of ξb.
The reason for the inherent bandwidth limitation is the behavior of the
λ/4-impedance inverter and it can therefore be argued that another type of
impedance inverter with less frequency dependence could be used to increase
the bandwidth. However, to the best of the author’s knowledge, no such
impedance inverter has been described in literature, nor have the studies pre-
ceding this thesis indicated that such impedance inverters can be realized. In
fact, as is shown in the next chapter, real implementations of impedance in-
verters have even stronger frequency dependence than the ideal λ/4-impedance
inverter.
Chapter 3
Practical implementations
of output networks
In the previous chapter it was shown that the back-oﬀ eﬃciency of the DPA is
inherently bandwidth limited due to the need of the λ/4-impedance inverter.
However, it was also shown that the 6 dB OPBO drain eﬃciency is maintained
higher than 70% over a fractional bandwidth larger than 20% when ξb = 0.5.
There must therefore be other reasons why the DPA often has a signiﬁcantly
lower bandwidth in practice. Not surprisingly, it has been shown that it is the
device output parasitics, and the method used to compensate for them, that
in many cases degrade the DPA bandwidth the most [41, 42].
In this chapter, three methods that are commonly used to compensate for
the output parasitics are reviewed: oﬀset-lines, compensating networks, and
parasitic absorption. Their eﬀects on the DPA-bandwidth are discussed and
it is concluded that the parasitic absorption method should be beneﬁcial in
wideband designs. Many of the networks used to facilitate parasitic absorption
are however hard to realize at high frequencies and for high impedance levels.
To overcome such restrictions, a new type of network topology based on the
parasitic absorption method is presented in [A]. The network is implemented
in a GaN MMIC DPA and the design and characterization of this circuit is
reviewed and discussed in the end of this chapter.
When analyzing diﬀerent output networks, an equivalent circuit model of
the device output is often needed. It is shown in several publications that the
simpliﬁed model in Fig. 3.1, where the output parasitics are represented by an
eﬀective output capacitance Cout, often is suﬃcient for analysing DPA output
networks [18, 41–44]. This simpliﬁed model is therefore used in this chapter
and throughout the rest of this thesis.
3.1 Oﬀset-lines
A common method to compensate for the output parasitics is to use output
matching networks in combination with oﬀset-lines as shown in Fig. 3.2. Note
that both the oﬀset-lines and the impedance inverter can be realized either by
distributed or lumped elements, or combinations thereof, which is why they
17
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Figure 3.1: Simpliﬁed model of the device output parasitics used for analyzing
DPAs.
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Figure 3.2: Block scheme of the output network for a DPA with oﬀset-lines.
are represented as general two port networks.
The use of oﬀset-lines was ﬁrst proposed in [45] and has thereafter been
used in numerous publications [46,47]. The advantage of the method is that it
can provide impedance transformation between the impedances Zi seen by the
device intrinsic current sources and the impedances Z ′i seen from the output
of the oﬀset-lines1. Oﬀset-lines can thereby be used to scale ZC to a more
convenient value Z ′C in implementations where (2.6) otherwise would require
a non-realizable characteristic impedance.
The analyses in e.g. [42,48] do, however, give good reasons to believe that
the use of oﬀset-lines, if possible, should be avoided in wideband designs. That
said, it should be stressed that, to the best of the author’s knowledge, there are
yet no publications that fully proves that oﬀset-lines restrict the bandwidth.
3.2 Compensating networks
Another method to deal with the output parasitics is to use compensating
networks as shown in Fig. 3.3. The compensating networks serves to ensure
that the impedances Zi are identical to the impedances Z
′
i. With a proper
design of the compensation networks, the S-parameters of the dashed two
ports in Fig. 3.3 should thereby become,
Si =
[
0 ±1
±1 0
]
. (3.1)
1Note that the index i refers to either m (main) or a (auxiliary).
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Figure 3.3: Block scheme of the output network for a DPA where the output
parasitics are eliminated by compensating networks.
One example where compensating networks have been used is [43] where
they were realized with shunt inductors as shown in Fig. 3.4. When doing
so, the value of the inductance should be chosen to resonate with the output
capacitances at the design frequency. Hence,
Li =
1
ω20Cout,i
, (3.2)
where ω0 is the angular center frequency. For future reference the speciﬁc
network in Fig. 3.4 is referred to as the LC-network.
The LC-network is convenient since the inductors can be used as DC bias
feed. However, in implementations where inductors typically have low current-
handling capabilities, e.g. in MMICs, bias feed through them might not be
possible. Further, the bandwidth of the LC-resonant circuits aﬀect the band-
width of the DPA and in [41] it is shown that the method can reduce the DPA
bandwidth more than necessary.
The applicability of using compensating networks depends on the possibil-
ity to realize the impedance inverter. For instance; wide band-gap technologies
such as GaN, utilize high drain bias voltages and can in low and medium power
applications require values of ZC that are larger than 100 Ω. In such a case,
the impedance inverter cannot be realized as a λ/4-transmission line since it
most certainly would require unrealistic line widths. The same problem may
also arise when realizing the impedance inverter with lumped components due
to the limited quality-factors of available inductors.
In order to ensure large bandwidth, the S-parameters in (3.1) should be as
frequency independent as possible. For this reason, wideband compensating
networks that serve to fulﬁl (3.1) over a 3.0–3.6 GHz frequency range are
proposed in [49]. However, from the presented analysis it is not clear how the
phase of S21 and S12 of the compensating networks behave versus frequency
and despite good experimental results it is not fully validated that wideband
compensating networks can be realized.
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Figure 3.4: Example of how the compensating networks in Fig. 3.3 can be
realized by shunt inductors. The device output parasitics are modeled as
shown in Fig. 3.1.
3.3 Parasitic absorption
Due to the often narrowband performance when using oﬀset-lines, and the
lack of broadband compensations networks, the majority of the work pre-
sented in this thesis [A]–[C] has used a method suggested in [41]. The idea of
the method is to compensate for the output parasitics by absorbing them into
the impedance inverter as illustrated in Fig. 3.5. Designing the DPA output
network thereby becomes a matter of ﬁnding a combining network that, to-
gether with the output capacitances, acts as an impedance inverter with the
required characteristic impedance ZC .
What is signiﬁcant for this method is that it can be applied only when there
are no series elements between the auxiliary current source and the common
load RL. Strictly speaking, series elements are always present, e.g. in terms
of package parasitics or bond-wires. However, e.g. in MMIC implementations,
or when using bare-die devices, such series elements can in many cases be
neglected.
Three examples of commonly used combining networks that together with
the output parasitics acts as impedance inverters are shown in Fig. 3.6: A
quasi-lumped (QL) network, a lumped Π-network, and an LC-network. The
&RXWP &RXWD
&RPELQLQJ
QHWZRUN
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0DLQ3$
$X[3$
5/
Figure 3.5: Schematic illustrating how the output parasitics are absorbed into
the impedance inverter.
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Figure 3.6: The (a) QL-network, (b) Π-network, and (c) LC-network, used to
absorb the device output capacitances in DPAs.
LC-network in Fig. 3.6c is in fact identical to the LC-network discussed in the
previous section and will not be further examined in this section.
3.3.1 Quasi-lumped network
The QL-network is illustrated in Fig. 3.6a. When Cout,m and Cout,a are equally
large, the electrical length and impedance of the transmission line are given
by,
θn = arccos (ω0CoutZC), (3.3)
Zn =
ZC
sin (θn)
. (3.4)
The network is proposed in [41] as a more wideband alternative to the LC-
network and is successfully implemented in a DPA with more than 40% drain
eﬃciency at 6 dB OPBO from 1.7 to 2.1 GHz. The network does however
have some practical limitations. Firstly, to ensure real values of θn and Zn the
relation ω0CoutZC < 1 must be fulﬁlled. Hence, there is an upper frequency
limit beyond which the network cannot be used. From (3.4) it can also be seen
that Zn ≥ ZC and the method is therefore not suitable for applications where
high values of Zn implies non-realizable linewidths. It should also be noted
that the QL-network requires additional bias circuitry which might degrade
its performance and complicates the design procedure.
3.3.2 Π-network
Fig. 3.6b shows how the impedance inverter can be implemented as a Π-
network. The inductance LT and the reactance Xi can be derived from [50]
and becomes,
LT =
ZC
ω0
, (3.5)
Xi =
1
ω0(Cout,i − CT ) , (3.6)
where
CT =
1
ω0ZC
. (3.7)
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Note that, depending on the sign of Xi, the shunt elements are implemented as
either an inductors or capacitors which is why they are modeled as reactances.
Compared to the QL-network, the Π-network is not limited by non-realizable
linewidths when ZC is large. However, combinations of ω0, ZC and Cout,i can
result in large inductor values that are diﬃcult to realize. In particular, it
can be cumbersome to realize large inductor values in MMIC implementa-
tions due to their often limited current handling capabilities, high loss, and
shunt-parasitics. These issues are addressed in [42, 46, 51] by implementing
the inductors oﬀ-chip using bond-wires and slab inductors on a printed circuit
board whereas [52] uses bond-wires for realizing the series inductance LT .
3.3.3 Tee-line network
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Figure 3.7: Tee-line impedance inverter. The impedances ZCi can be arbitrary
chosen whereafter the electrical lengths θi can be calculated.
With respect to the previous discussion, a combining network that is not
limited by the performance of inductors, or by narrow transmission lines, is de-
sirable. In [A] we therefore propose the Tee-line network, depicted in Fig. 3.7.
The network consists of three transmission lines with electrical lengths θn and
characteristics impedances ZCn (the index n represents any of the three trans-
mission lines). It is shown that each characteristic impedance ZCn can be
pre-selected to a convenient value whereafter the electrical lengths are cal-
culated for the given values of Cout,m, Cout,a, and ZC . For example, Fig. 3.8
shows how the electrical lengths of the transmission lines in Fig. 3.7 depend on
the normalized susceptance ω0Cout,iZC for diﬀerent sets of normalized impe-
dances Z¯Cn = ZCn/ZC . The implications of Fig. 3.7 is that a Tee-line network
with reasonable line lengths can be used as an impedance inverter for a large
span of output capacitances and characteristic impedances.
The main advantage of the proposed network is that it is realizable also for
large values of ZC and that its applicability is not aﬀected by the availability
and performance of lumped inductors and capacitors. In addition, the network
also oﬀers convenient biasing through the short circuited transmission line.
This makes the Tee-line network highly suitable for DPAs, especially when
implemented in a GaN MMIC process.
3.4 Method for estimating frequency response
There are multiple techniques for analyzing how the output networks described
in this chapter aﬀect the bandwidth of the DPA. One can for instance analyze
the frequency response of the load impedances seen by the current sources at
peak power and at low power [42]. An important advantage of this technique
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Figure 3.8: The plots show how the lengths θ of the transmission lines should
be chosen for diﬀerent capacitance values Cout,m and Cout,a and impedances
ZCn in order to make the network in Fig. 3.7 behave as an impedance inverter.
Due to symmetry θ1 is given by setting i = m, j = a, and θ2 is given by setting
i = a, j = m. (a) and (b) show θi and θ3, respectively, for the conﬁguration
Z¯C1 = 1, Z¯C2 = 1, Z¯C3 = 1. (c) and (d) shows θi and θ3, respectively, for the
conﬁguration Z¯C1 = 0.25, Z¯C2 = 0.25, Z¯C3 = 0.25.
is that it can be applied to any type of output network. However, the result is
much dependent on how the amplitudes and phases of the current sources are
chosen and the analysis can therefore not isolate the eﬀect of the output net-
work. It can also often be hard to interpret how the resulting load impedances
aﬀect the performance of the DPA.
In this thesis, a diﬀerent method that can be applied on output networks
represented by the schematic in Fig. 3.5 is used: As discussed in Section 2.2,
the eﬃciency the ideal DPA is determined by ∠S212 of the λ/4-impedance
inverter. Hence, the impact an impedance inverting network has on the DPA
bandwidth can be estimated from the frequency response of its ∠S21 as long
as long as S11 and S22 are small.
The outcome when comparing the frequency response of impedance invert-
ing networks depends on the size of the output parasitics, the frequency, and
the required characteristic impedance. It is therefore not possible to make a
general comparison of the networks and they must instead be compared on
a case-to-case basis. This is done in the next section for the speciﬁc design
reported in [A].
2All S-parameters assumes ZC reference impedance if not else is stated.
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3.5 MMIC Doherty Power Ampliﬁer
In order to demonstrate the utility of the Tee-line network, paper [A] presents
a wideband DPA that is designed and fabricated in the commercial TriQuint
3MI 0.25 μm GaN-HEMT MMIC process. This section will discuss why the
Tee-line network is highly suitable for this design and its frequency response
will be examined and compared to the other combining networks presented in
this Chapter. The measurement results of the fabricated chip will thereafter
be presented and discussed.
3.5.1 Design considerations
The targeted frequency range of the design was 7.0–8.0 GHz and was selected
to target microwave PTP-link applications. As in many other applications,
microwave links utilize modulation schemes with PAPR in the order of 7–
9 dB. To obtain high average eﬃciency it was decided to implement the design
with a value of ξb = 0.33, giving PBO = 9.5 dB, and ZC/RL = 3. The total
gate-width of the main device was chosen to 4 × 100 μm, which in combination
with a drain voltage of 20 V implies that ZC = 150 Ω should be chosen for
high power utilization. The combination of ZC and ξb gives a convenient value
of RL = 50 Ω and implies that a peak output power of ≈35 dBm can be
expected.
With ξb = 0.33, (2.2) shows that the auxiliary ampliﬁer must be able
to handle twice the current compared to the main ampliﬁer. The auxiliary
ampliﬁer was therefore implemented with a 10 × 100 μm device. For the
given device sizes, the output capacitances were estimated to 0.15 pF and
0.44 pF for the main and auxiliary devices, respectively.
The widths of the Tee-line transmission lines in Fig. 3.7 were chosen to
w1 = w2 = 25 μm and w3 = 40 μm, giving characteristic impedances of
ZC1 = ZC2 = 79 Ω, ZC3 = 69 Ω. Using the equations derived in [A], the
electrical lengths of the transmission lines were thereafter calculated to be
θ1 = 52.3
◦, θ2 = 18.9◦ and θ3 = 17.0◦.
To understand why the use of the Tee-line network is motivated it can
be noted that the width of a transmission line with characteristic impedance
ZC = 150 Ω would be less than 0.3 μm, far more narrow than what can
be processed. The LC-network can therefore not be used for the reported
design. Nor can the QL-network be used since ω0Cout,iZC > 1 which violates
the requirement for (3.3)-(3.4) to be valid. Furthermore, simulations of the
ampliﬁer indicated a maximum DC-current in the order of 420 mA. Using
the Π-network would therefore require spiral inductors with very large metal
widths (≈ 80 μm). Such inductors would consume a large area and have large
parasitic capacitances that would degrade the performance.
Even though the LC- and Π-networks are unpractical, it is still of interest to
investigate how their theoretical frequency responses compare with the Tee-
line network for this speciﬁc design. Fig. 3.9 shows the amplitude of S11
and the phase of S21 versus frequency. As can be observed, all networks
give low S11 (and consequently S22) between 7.0 and 8.0 GHz. It can also
be seen that ∠S21 for the Tee-line network and the LC-network network are
very similar, whereas the Π-network shows a less frequency dependent ∠S21.
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Figure 3.9: (a) The magnitude of S11 (and consequently S22) versus frequency,
and (b) the phase of S21 versus frequency for the LC-, Π-, and Tee-line net-
works when assuming ideal lossless components. The reference impedance is
150 Ω.
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Figure 3.10: Schematic of output network.
This could be interpreted as if the Π-network has the potential to provide
more wideband DPAs compared to the Tee-line network. However, if the Π-
network could be realized, the physical inductors would be less ideal than
the physical transmission lines in the Tee-line network. Consequently, the
frequency response of the Π-network would be more degraded than for the
Tee-line network.
3.5.2 Circuit realization and results
Fig. 3.10 shows the schematic of the realized output network width the lengths,
widths, and impedances of TL1, TL2 and TL3 given in Table 3.1. A photo of
the circuit is shown in Fig. 3.11 where it can be seen that a compact layout
was achieved which resulted in a total chip-size of 2.1 mm × 1.5 mm, small
enough to ﬁt in a quad-ﬂat no-leads (QFN) 4 × 4 package.
Table 3.1: Tee-line Network Parameters
TL1 TL2 TL3
Length: 2800 μm 840 μm 750 μm
Width: 25 μm 25 μm 40 μm
Impedance: 79 Ω 79 Ω 69 Ω
26 CHAPTER 3. PRACTICAL IMPLEMENTATIONS OF OUTPUT NETWORKS
Figure 3.11: Photo of the realized circuit. The size measures 2.1 mm× 1.5 mm.
The results from continuous wave (CW) measurements are summarized in
Fig. 3.12. The bias settings used for the measurements were3 VGS,m = −3.7 V,
VGS,a = −5.4 V, and VDS = 20 V.
Fig. 3.12a shows the power added eﬃciency (PAE) versus output power
and Fig. 3.12b shows the PAE at diﬀerent OPBO-levels versus frequency. As
can be seen, there is a well pronounced eﬃciency enhancement in back-oﬀ
across the target frequency band. For example, the PAE at 9 dB OPBO is
maintained higher than 31% all across a 6.7–7.8 GHz frequency range, cor-
responding to 15% bandwidth. Fig. 3.12b also shows that the PAE is less
frequency dependent at high output powers which is in good agreement with
the theory.
The reported small signal gain in Fig. 3.12c and Fig. 3.12d is larger than
10 dB in the 6.5–7.5 GHz frequency range but decreases at higher frequencies.
Fig. 3.12d also shows that the peak output power is maintained at 35 ± 0.5
dBm all across a 6.6–8.5 GHz frequency range.
Linearized modulated measurements, employing a vector switched gener-
alized memory polynomial (VS-GMP) model [53], were performed in 100 MHz
intervals over a 6.5–8.5 GHz frequency range using a 10 MHz 256-QAM sig-
nal with 7.8 dB PAPR. The result in Fig. 3.13 shows that the average PAE
(PAEavg) is larger than 35% all across the 6.8–8.5 GHz frequency range which
is in good agreement with the CW measurements in Fig. 3.12. The ﬁgure also
shows that the normalized mean square error (NMSE) and adjacent channel
power ratio (ACPR) are better than -35 dB and -45 dBc, respectively.
As discussed in [A], the reported results verify the utility of the Tee-line
network by clearly representing the state-of-the-art at the time of publica-
tion, both in terms of bandwidth and PAE — especially when considering the
frequency and chip-size.
3.6 Chapter summary
This chapter has highlighted that the practical bandwidth of the DPA often is
determined by the method used to compensate for the output parasitics of the
3The notation varies between the thesis and the papers.
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Figure 3.12: Results from CW-measurements of the realized DPA. (a) PAE
versus output power, (b) PAE versus frequency at diﬀerent OPBO-levels rel-
ative the peak output power, (c) gain versus output power, (d) peak output
power and small-signal gain versus frequency.
active devices. Several methods were reviewed and it was acknowledged that
absorbing the output parasitics into the impedance inverter should be beneﬁ-
cial in wideband designs. However, it was shown that many of the commonly
used networks based on the parasitic absorption method can be hard to realize.
A new type of network, the Tee-line network, that is realizable also for high
frequencies and/or high impedance levels was therefore proposed. The utility
of the network was proven by implementing it in a GaN MMIC ampliﬁer with
state-of-the-art performance.
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Figure 3.13: Measured PAEavg, Pout,avg, NMSE, and ACPR after DPD.
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Chapter 4
Extending the inherent
bandwidth
The theory in Chapter 2 revealed one of the main drawbacks of the standard
DPA, i.e. its inherent bandwidth limitation imposed by the λ/4-impedance
inverter. For this reason, a variety of techniques to extend the inherent band-
width of the DPA have been proposed in recent years.
One of these techniques is the so called modiﬁed DPA which has a sig-
niﬁcantly larger inherent bandwidth compared to the standard DPA, as well
as reconﬁgurable eﬃciency. The idea was ﬁrst proposed in [a] where a dual-
RF input 1.5–2.4 GHz demonstrator circuit with reconﬁgurable eﬃciency was
presented. The theory, design and measurements presented in [a] were there-
after further examined in the extended article [B]. Shortly after the idea had
been proposed in [a], the same idea was proposed by Wu and Boumaiza in an
independent work [44] where a bandwidth of 0.7–1.0 GHz was obtained us-
ing a single RF-input conﬁguration. Wu and Boumaiza thereafter empirically
demonstrated that the eﬃciency of the modiﬁed DPA can be reconﬁgured also
in a single RF-input conﬁguration [54].
The presented theory in [44, 54], [a,B] are all based on the same idealized
assumptions as used in Chapter 2. The established theory can therefore not
be used to analyze the single RF-input conﬁguration of the modiﬁed DPA.
For this reason, a theoretical analysis of the single RF-input modiﬁed DPA is
presented in [C] where it is used to design a 5.8–8.8 GHz MMIC GaN DPA
with reconﬁgurable eﬃciency.
This chapter presents a detailed examination of the modiﬁed DPA us-
ing both idealized theory and a more realistic single RF-input model. It is
theoretically and empirically shown how the modiﬁed DPA can provide a sig-
niﬁcantly larger bandwidth compared to the standard DPA, as well as recon-
ﬁgurable eﬃciency. However, before examining the modiﬁed DPA closer, a
brief summary of other interesting techniques proposed to extend the inherent
DPA-bandwidth is presented.
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4.1 Literature survey
A successful and popular method to improve the inherent bandwidth of the
DPA is to decrease the transformation ratio of the impedance inverter. The
idea was ﬁrst proposed in [55] where more than 41% drain eﬃciency at 5–6 dB
OPBO over a 1.7–2.6 GHz frequency range is reported for a GaN DPA. The
same idea is employed in [56] where more than 50% PAE at 6 dB OPBO is
reported over a 1.7–2.25 GHz frequency range. A reduced transformation ratio
is also used in [42] where an integrated INGaP/GaAs DPA with more than
30% average PAE over a 1.6–2.1 GHz frequency range is presented.
Another very interesting method is proposed in the papers [57–59] where
it is shown how the inherent bandwidth can be signiﬁcantly increased by cas-
cading two λ/4-transmission lines, with diﬀerent characteristic impedances, on
the output of the auxiliary ampliﬁer. This enabled the design of a 350 W LD-
MOS DPA with more than 48% drain eﬃciency from 790 to 960 MHz in [58],
whereas a 700 W 470–803 MHz LDMOS DPA with more than 38% average
drain eﬃciency is reported in [57]. In [59] the idea is used to design a 1.0–2.6
GHz GaN DPA with more than 35% drain eﬃciency at 6 dB OPBO.
Extending the bandwidth by using dual RF-inputs is proposed in [60] where
it is shown how doing so extends the frequency range, for which more than
40% drain eﬃciency is achieved in 7 dB OPBO, from 2.04–2.22 GHz to 1.96–
2.46 GHz. It has also been proposed to use tunable devices to increase the
bandwidth [61, 62]. It is for example shown in [61] how MEMS-switches are
used to design a GaN DPA than can be reconﬁgured for having more than
58% 6 dB OPBO drain eﬃciency at 1.9, 2.14, and 2.6 GHz, respectively.
4.2 The modiﬁed DPA
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Figure 4.1: The output network of the modiﬁed DPA can ideally be represented
by the same schematic as used for the standard DPA in Fig. 2.2.
The topology of the modiﬁed DPA is identical to the one of the stan-
dard DPA and its output network can thereby ideally be represented by the
schematic in Fig. 4.1. What diﬀerentiates the modiﬁed DPA from the standard
DPA is the relation between ZC and RL. In contrast to the standard DPA
where RL = ξbZC , the modiﬁed DPA uses RL = ZC , thereby ensuring that the
main ampliﬁer load impedance becomes independent of frequency when the
auxiliary ampliﬁer is turned oﬀ, see equation (2.14). As will be shown, this en-
ables the modiﬁed DPA to provide a signiﬁcantly larger bandwidth compared
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Table 4.1: Design equations
Parameter Equation
VDS,m ξbVDS,a
ZC 2VDS,a/Imax,m
RL 2VDS,a/Imax,m
Im ξImax,m/2
Ia
{
0, 0 ≤ ξ ≤ ξb
k·Imax,m
2 e
jφ, ξb ≤ ξ ≤ 1
φ − arcsin
(
k cos (πf¯/2)
2ξ
)
− π2 , ξb ≤ ξ ≤ 1
k
√√√√ξ2 + ξ2b −
√
(ξ2 + ξ2b )
2 −
(
ξ2−ξ2b
sin (πf¯/2)
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Figure 4.2: The drain eﬃciency versus, (a) normalized load voltage amplitude
|Va|/VDS,a, and (b) output power back-oﬀ, for diﬀerent frequencies when ξb =
0.5.
to the standard DPA, both in terms of gain and eﬃciency.
For accurate functionality under the new condition RL = ZC , the equations
describing bias voltages and driving conditions of the modiﬁed DPA have to
be revised compared to the standard DPA. This is done in [B] where all calcu-
lations are based on the same assumptions and simpliﬁcations as the standard
DPA-theory in Chapter 2. That is, the output network is represented by the
schematic in Fig. 4.1 where the sub-ampliﬁers are modeled as ideal half-wave
rectiﬁed voltage controlled current sources having identical transconductance,
short circuit harmonics, zero knee-voltage, and drain bias voltages VDS,m and
VDS,a. The resulting design equations that govern the operation of the mod-
iﬁed DPA are summarized in Table 4.1. Note that all equations are derived
for maximum power utilization of the main ampliﬁer and that the size of the
auxiliary ampliﬁer must be selected so that it can support the required current.
Using the derived design equations and calculating the drain eﬃciency
yields the result in Fig. 4.2. As can be seen, the drain eﬃciency is independent
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Figure 4.3: The drain eﬃciency at full output power for diﬀerent values of ξb
plotted versus frequency and ∠S21.
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Figure 4.4: The average drain eﬃciency for (a) the 6.7 dB PAPR WCDMA-
signal when ξb = 0.5, (b) the 9.0 PAPR LTE-signal when ξb = 0.4.
of frequency in the low power region and it only shows a weak frequency
dependence in the high power region. Comparing the results in Fig. 4.2 with
Fig. 2.7 clearly shows that the modiﬁed DPA has a signiﬁcantly larger inherent
bandwidth than the standard DPA. In addition, as is shown in [B], the gain
and peak power are independent of frequency.
The frequency response of the peak power drain eﬃciency is shown in
Fig. 4.3 for diﬀerent values of ξb. Comparing this result with the same plot for
the standard DPA in Fig. 2.8 again shows the much larger theoretical band-
width of the modiﬁed DPA. But maybe more interesting: As was shown in
Chapter 3, the phase of S21 can have a very steep frequency response for prac-
tical implementations of impedance inverters. The relatively weak dependence
on ∠S21 in Fig. 4.3 is therefore an important result showing that the inherently
more wideband performance makes the modiﬁed DPA less dependent on the
frequency response of non-ideal impedance inverting networks.
The reason why the drain eﬃciency in Fig. 4.3 is not plotted over the entire
frequency range when ξb = 0.3, 0.4, is that k in Table 4.1 only assumes real
values when,
1− ξ2b
1 + ξ2b
≤ sin (πf¯/2). (4.1)
The derived theory is therefore not valid for all frequencies. For example, the
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Figure 4.5: The drain eﬃciency versus, (a) normalized load voltage |Va|/VDS,a,
and (b) output power back-oﬀ, at the center frequency. ξb is set to 0.5, 0.4
and 0.3 respectively.
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Figure 4.6: The amplitudes of the normalized main and auxiliary ampliﬁers
output voltages versus drive level ξ.
frequency range for which the equations in Table 4.1 can be used is 0.52 ≤
f¯ ≤ 1.48 and 0.63 ≤ f¯ ≤ 1.37, when ξb = 0.4 and ξb = 0.3, respectively.
However, it is reasonable to believe that this is not an issue in practice since
the frequency most likely is constrained by other factors before the theoretical
bandwidth limit.
Fig. 4.41 shows how the increased eﬃciency bandwidth aﬀects the average
drain eﬃciency for the 6.7 PAPR WCDMA- and the 9.0 dB PAPR LTE-
signals. For comparison, the ﬁgure also repeats the result for the standard
DPA, previously shown in Fig. 2.9. The result shows that the modiﬁed DPA
has a signiﬁcantly lower frequency dependence compared to the standard DPA.
It is interesting to note that because the modiﬁed DPA has such large eﬃciency
bandwidth in back-oﬀ, the frequency response of the average drain eﬃciency
is nearly unaﬀected when the signal PAPR is changed. Hence, the beneﬁts
of the modiﬁed DPA becomes even more pronounced when dealing with high
PAPR signals.
It is interesting to note that the frequency responce
The design equations in Table 4.1 shows that VDS,m is lower than VDS,a,
which implies that the power capability of the main ampliﬁer is not fully
1It should be noted that Fig. 5 in [B], corresponding to Fig. 4.4a, shows a faulty average
drain eﬃciency for the standard DPA. The author regrets this mistake.
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utilized. However, the fact that ξb determines the relation between VDS,m
and VDS,a rather than the relation between ZC and RL, also give interesting
opportunities. As is shown in Table 4.1, VDS,m and Ia are the only parameters
that depend on ξb. This implies that if Ia can be controlled, e.g. by using
a dual RF-input conﬁguration [41, 60, 63], the value of ξb and PBO can be
reconﬁgured by changing the main ampliﬁer bias VDS,m. Hence, the eﬃciency
can be reconﬁgured versus output power.
The eﬃciency reconﬁguration achieved by changing VDS,m and controlling
Ia according to the equations in Table 4.1 is clearly visible in Fig. 4.5. It is also
of interest to plot the output voltages when reconﬁguring ξb. This is done in
Fig. 4.6 which shows that the output voltage |Va|, and thereby also the peak
power and gain, is independent of ξb. This shows that the modiﬁed DPA,
in theory, can be reconﬁgured for optimal performance for a large variety of
modulation schemes without aﬀecting output power or gain.
4.3 The single RF-input conﬁguration
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Figure 4.7: Schematic of the model used to analyze the single RF-input mod-
iﬁed Doherty power ampliﬁer [C].
As for the standard DPA-theory in Chapter 2, the theoretical analysis in
[a,B], [44,54] are all based on the assumption that the sub-ampliﬁers are half-
wave rectiﬁed current sources that can be ideally controlled. Although such
an analysis gives valuable information about the theoretical limitations of the
ampliﬁer, it cannot be used to predict how the it behaves in a realistic single
RF-input conﬁguration. For this reason, the theory in [B] is further developed
in [C] where a theoretical analysis of how to design a single RF-input modiﬁed
DPA for best performance is presented.
4.3.1 Single RF-input model assumptions
The analysis is based on the single RF-input modiﬁed DPA model shown
in Fig. 4.7. Although omitted for clarity in the ﬁgure, it is assumed that
all harmonic frequencies are short circuited and that the sub-ampliﬁers have
their gate and drain terminals biased at VGS,m, VGS,a, VDS,m, and VDS,a, re-
spectively. In contrast to the model in Fig. 4.1, the input network is now
accounted for by being represented by a lossless three-port having amplitude
balance β = |Vin,a/Vin,m| and phase balance φ = arg(Vin,a/Vin,m). Just as in
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Table 4.2: Technology parameters.
VT (V) gm (mS) Imax (mA) Vk (V)
-3.1 250 750 2.5
Table 4.3: Parameter values used when calculating the curves in Fig. 4.8.
Parameter Value
ξb 0.39
ZC (Ω) 68
RL (Ω) 68
φ (deg) -90
β 1.2
VDS,m (V) 12.5
VDS,a (V) 28
VGS,m (V) -3.1
VGS,a (V) -4.37
Chapter 2 and [B], the sub-ampliﬁers are represented by voltage controlled cur-
rent sources with transconductance gm,i and maximum output current Imax,i.
However, they now have a non-zero knee voltage Vk,i, and a threshold voltage
VT,i. Furthermore, the sub-ampliﬁers do not need to be of the same size, or
even the same technology. Hence the subscript i which relates to the main
or auxiliary ampliﬁer when replaced with m or a, respectively. Note that the
model does not account for compression. To avoid unrealistic results it is
therefore important that the output voltage swing of the sub-ampliﬁers never
enters the knee-region.
4.3.2 Analysis
The equations needed for analyzing how the modiﬁed DPA depends on VGS,i,
VDS,i, β, φ, etc., are derived in [C]. The equations are there used to analyze
the modiﬁed DPA when the values of VT,i, gm,i, Imax,i, and Vk,i are selected
to correspond to 10 × 100 μm devices from the TriQuint 3MI 0.25 μm GaN-
HEMT MMIC process, see Table 4.2. The analysis assumes equal size of the
sub-ampliﬁers and the subscript i is therefore omitted. The most important
results are shown in Fig 4.8 and are discussed below.
Fig. 4.8a shows the frequency response of the drain eﬃciency when using
the parameter values in Table 4.3 where the phase balance φ = −90◦ is as-
sumed to be frequency independent. As can be seen, the drain eﬃciency is
nearly independent of frequency over a 40% bandwidth. The ideal theoreti-
cal analysis in [B] suggested that the phase balance φ should be both power
dependent and inversely proportional to the frequency. Such a behavior is
however very diﬃcult to obtain in a single RF-input conﬁguration. The result
in Fig. 4.8a is therefore important since it shows that the bandwidth also is
large for a phase balance that easily can be obtained in a real implementation,
e.g. by using a Lange coupler. It should be noted that the amplitudes of Vm
and Va associated with the 0.8f0 and 1.2f0-curves in Fig. 4.8a exceed their
maximum allowed values by 0.5 V and 0.6 V, respectively. Hence the drain
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Figure 4.8: Calculated drain eﬃciency versus output power for, (a) diﬀerent
normalized frequencies, and (b) diﬀerent combinations of VDS,m and VGS,a.
The technology-, circuit-, and bias-parameters are as given in Tables 4.2–4.3.
Table 4.4: Parameter values used when calculating the curves in Figs. 4.9-4.12.
Parameter Modiﬁed DPA Standard DPA
ξb 0.39 0.39
ZC (Ω) 68 123
RL (Ω) 68 48
φ (deg) -90 −90f/f0
β 1.26 2.73
VDS,m (V) 12.5 28
VDS,a (V) 28 28
VGS,m (V) -3.1 -3.1
VGS,a (V) -4.43 -4.63
eﬃciency is somewhat overestimated compared to the case when compression
is included in the model. In this particular case, the overshoot is small and
the eﬀect on the calculated drain eﬃciency is nearly negligible. However, if
the same calculations are performed for larger bandwidths the eﬀect becomes
more signiﬁcant.
As discussed in the previous section, the eﬃciency of the modiﬁed DPA
can be reconﬁgured if VDS,m and Ia can be controlled. For this reason it was
suggested that a dual RF-input conﬁguration might be useful since it enables
control of Ia. However, Ia can also be controlled by adjusting VGS,a and it
is therefore analyzed whether the eﬃciency can be reconﬁgured by changing
the values of VGS,a and VDS,m. The result is shown in Fig. 4.8b and clearly
shows that the eﬃciency proﬁle can be reconﬁgured to match the statistics of
the signal being transmitted, also for the single RF-input conﬁguration.
In summary, the results of this analysis show that the modiﬁed DPA indeed
has interesting properties also in a single RF-input conﬁguration. The analysis
also gives useful indications on how to select the input network properties
and the bias levels. These ﬁndings are used to design a MMIC GaN DPA
as presented in [C]. The results from that design are reviewed later in this
chapter.
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Figure 4.9: The load-lines for the modiﬁed DPA when using the schematic in
Fig. 4.7 together with the values in Table 4.2 and Table 4.4.
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Figure 4.10: The load-lines for the standard DPA when using the schematic
in Fig. 4.7 together with the values in Table 4.2 and Table 4.4.
4.3.3 Comparison with the standard DPA
The schematic in Fig. 4.7 is not only valid for the modiﬁed DPA but also for the
standard DPA. The equations in [C] are therefore applicable for the standard
DPA with the exception that equation (9) in [C] has to be replaced with equa-
tion (2.5). Hence, a comparison of the single RF-input standard and modiﬁed
DPA can be made. To facilitate such a comparison, the device parameters in
Table 4.2 are used, which implies that the maximum device size will be ﬁxed
to 10×100 μm. The parameter values used for each ampliﬁer are summarized
Table 4.4 where the impedances of the standard DPA are selected so that the
maximum current of the auxiliary ampliﬁer equals Imax,a = 750 mA. It is
important to note that the values of VGS,a and β for the modiﬁed DPA in
Table 4.4 are slightly adjusted compared to the values used in Table 4.3. This
done to ensure that none of the output voltages enter the knee-region when
performing the analysis below.
The resulting load-lines are shown in Figs. 4.9–4.10. The ﬁgures show that
the lower VDS,m of the modiﬁed DPA gives a lower voltage swing. As discussed
in Section 4.2, this implies that the modiﬁed DPA has a lower peak power than
the standard DPA. However, the modiﬁed DPA utilizes more of the available
current, thereby to some degree compensating for the lower drain bias voltage.
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Figure 4.11: The drain eﬃciency for, (a) the modiﬁed DPA, and (b) the stan-
dard DPA, when using the schematic in Fig. 4.7 together with the values in
Table 4.2 and Table 4.4.
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Figure 4.12: The voltage gain for, (a) the modiﬁed DPA, and (b) the standard
DPA, when using the schematic in Fig. 4.7 together with the values in Table 4.2
and Table 4.4.
The result is that the calculated peak power is 38.3 dBm for the standard
DPA and 36.8 dBm for the modiﬁed DPA. Thus, there is a 1.5 dB diﬀerence
in peak power between the two ampliﬁers in this particular case.
The calculated drain eﬃciency for each ampliﬁer is shown in Fig. 4.11. As
can be seen, the modiﬁed DPA has a nearly frequency independent drain eﬃ-
ciency whereas the drain eﬃciency of the standard DPA is strongly frequency
dependent. However, the standard DPA has a higher back-oﬀ eﬃciency at the
center frequency. This is because the standard DPA has a larger ratio between
VDS,m and Vk which makes its eﬃciency less aﬀected by the knee-voltage. On
the other hand, this diﬀerence may very well be less pronounced in real im-
plementations due to knee walk-out eﬀects associated with large drain bias
voltages in GaN transistors [64].
It is also interesting to compare the gain of the two ampliﬁers. However,
since the input impedances of the sub-ampliﬁers are assumed to be inﬁnite,
voltage gain has to be used instead of power gain. The result is shown in
Fig. 4.12 where it can be seen that the modiﬁed DPA also has a signiﬁcantly
larger gain-bandwidth compared to the standard DPA. Moreover, it can also
be seen that the center frequency gain is nearly identical for the two ampliﬁers.
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This is somewhat surprising since the larger β of the standard DPA indicates
that its voltage gain should be lower than for the modiﬁed DPA. However,
the load impedance seen by the main ampliﬁer is larger than for the modiﬁed
DPA which in this example nearly perfectly counteracts the diﬀerence in β.
The conclusion from this comparison is that the single RF-input modiﬁed
DPA has the ability to provide much more wideband performance compared
to the single RF-input standard DPA at the cost of a slightly lower peak power
and center frequency back-oﬀ eﬃciency.
4.4 Demonstrator circuits
To validate the theory and to demonstrate the utility of the modiﬁed DPA, [B]
and [C] presents the design and measurements of two demonstrator circuits.
This section reviews the reported measurement results and compares them to
what is predicted by the theory.
4.4.1 Dual RF-input circuit
The purpose of the circuit presented in [B] is to provide a proof of concept of
the modiﬁed DPA. The circuit is therefore implemented with dual RF-inputs
which allows the circuit to be designed and operated in better agreement with
the ideal theory in [B]. The design goal was to maximize performance over a
widest possible bandwidth centered at 2.14 GHz.
As discussed in Chapter 3, the bandwidth of the DPA is to a large degree
determined by its output network. So is also the case for the modiﬁed DPA and
the impedance inverter is therefore designed using the QL-network described
in Section 3.3.1. The targeted characteristic impedance of the impedance
inverter is ZC = 28 Ω and the output parasitics of the devices are represented
by 0.9 pF shunt capacitances.
The simulated performance of the impedance inverter is shown in Fig. 4.13.
Comparing the phase of S21 with the result in Fig. 4.3 indicates that it should
be possible to obtain good performance over nearly the entire simulated fre-
quency range of 1.7–2.6 GHz. The exception is frequencies in the higher side
of the band where the phase of S21 starts to deviate signiﬁcantly from values
that according to Fig. 4.3 corresponds to high eﬃciency. The amplitude of
S11 also shows that it cannot be assumed that the characteristic impedance is
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Figure 4.13: Simulated S-parameters of the impedance inverter used in the
circuit in Fig. 4.14. The reference impedance is set to 28 Ω.
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Figure 4.14: Photo of the dual RF-input 1.5–2.4 GHz hybrid circuit presented
in [a,B].
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Figure 4.15: The measured drain eﬃciency versus output power at diﬀerent
frequencies when VDS,m = 17.5 V, VDS,a = 30 V, VGS,m = -2.8 V, and
VGS,a = -4.5 V.
28 Ω at frequencies in the lower end of the simulated band. Despite this, the
circuit simulations presented in [B] still shows more than 47% PAE at both full
output power and at 6 dB OPBO all across the 1.7–2.6 GHz frequency range.
The assembled dual RF-input demonstrator circuit is shown in Fig. 4.14 and
measures 140 mm × 120 mm.
The measured drain eﬃciency at 1.6, 2.0 and 2.4 GHz is plotted versus
output power in Fig. 4.15. The main and auxiliary ampliﬁers drain biases are
set to 17.5 V and 30 V, respectively, thereby giving ξb = 0.5 if accounting
for 5 V knee-voltage. As observed, the drain eﬃciency in back-oﬀ is almost
identical at all three frequencies which is in good agreement with the theory.
Fig. 4.16 shows the drain eﬃciency and PAE versus frequency at full output
power (42 dBm) and at 6 dB OPBO (36 dBm). The result shows that the drain
eﬃciency is larger than 50%, at both full output power and at 6 dB OPBO,
from 1.5 to 2.4 GHz. Unfortunately, the measured gain at 6 dB OPBO drops
below 8 dB above 2.1 GHz which is not predicted by the simulations. For this
reason, the back-oﬀ PAE is reduced above 2.1 GHz as shown in Fig. 4.16b.
The frequency band where best measured performance is obtained is shifted
5–10% down in frequency compared to the simulations. The reason for this
is not fully understood but is most likely due to discrepancies between the
passive and active models and their physical components. Despite this, the
measurements conﬁrm the wideband capabilities of the modiﬁed DPA.
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Figure 4.16: The measured (a) drain eﬃciency, and (b) PAE at full output
power (42 dBm) and at 6 dB output power back-oﬀ (36 dBm) versus frequency
when VDS,m = 17.5 V, VDS,a = 30 V, VGS,m = −2.8 V, and VGS,a = −4.5 V.
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Figure 4.17: The measured drain eﬃciency versus output power at 2.0 GHz
for diﬀerent main ampliﬁer drain biases when VDS,a = 30 V, VGS,m = −2.8 V,
and VGS,a = −4.5 V.
The predicted eﬃciency reconﬁguration is veriﬁed by measuring the drain
eﬃciency versus output power for diﬀerent values of the main ampliﬁer bias
VDS,m. The result, shown in Fig. 4.17, demonstrates a distinct agreement with
Fig. 4.2b thereby conﬁrming the theory.
Modulated measurements of the demonstrator circuit are presented in [e]
where diﬀerent types of modulation schemes and sample rates are investigated.
The measurements are made at 2.0 GHz and the signal used is a 5 MHz LTE-
signal with 8.5 dB PAPR. Fig. 4.18 shows the spectrum before and after DPD
when using a sample rate of 25 MHz. The corresponding average PAE is
42.4% and the NMSE and ACPR are measured to -43.7 dB and -55.8 dBc
respectively.
The outcome of the measurements does indeed conﬁrm both the wideband
performance and the reconﬁgurability, predicted by the theory. In addition,
even though more wideband designs have been presented [57, 59],[D, E] after
the time of publication in [a,B], the fractional bandwidth is still among the
largest reported for any DPA.
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Figure 4.18: Measured spectrum before and after DPD for a 5 MHz 8.5 dB
PAPR LTE-signal when VDS,m = 17.5 V, VDS,a = 30 V, VGS,m = −2.8 V, and
VGS,a = −4.5 V [e].
4.4.2 Single RF-input circuit
The circuit in [C] is designed to demonstrate the utility of the single RF-
input analysis presented in Section 4.3, and to show that the modiﬁed DPA is
suitable for MMIC implementations. The circuit targets the same microwave
PTP-link applications as the circuit in [A], and it is designed in the same
GaN MMIC process, and aims for the same center frequency. Hence, a direct
comparison between the circuits in [C] and [A] provides a good indicator of
how the performance of the modiﬁed DPA compares to the standard DPA in
a real implementation.
As for the circuits in [A] and [B], the overall performance of the circuit is
much dependent on the impedance inverter. Unfortunately, since the modiﬁed
DPA utilizes asymmetrical drain bias, the Tee-line network used in [A] cannot
be directly used. However, good impedance inverter properties were obtained
by cascading two Tee-line networks, each having an electrical length of ≈ 45◦
at 7.3 GHz. The targeted characteristic impedance of the impedance inverter
is ZC = 68 Ω and the output parasitics of the devices are represented by
0.47 pF shunt capacitances.
The simulated S-parameters of the impedance inverter are shown in Fig. 4.19.
As can be seen, |S11| < −13 dB, and ∠S21 varies from −41◦ to −130◦, across
a 5.8–8.8 GHz frequency range. Comparing the results in Fig. 4.19 with the
theoretical eﬃciency dependence on ∠S21 in Fig. 4.3 shows that the modiﬁed
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Figure 4.19: Simulated S-parameters of the impedance inverter used in the
circuit in Fig. 4.20. The reference impedance is set to 68 Ω.
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Figure 4.20: Photo of the single RF-input 5.8–8.5 GHz GaN MMIC circuit
presented in [C].
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Figure 4.21: The measured PAE versus output power (a), and frequency (b)
when VDS,m = 12.5 V, VDS,a = 28 V, VGS,m = −2.52 V, and VGS,a = −4.85 V.
DPA thereby should be able to support a bandwidth considerably larger than
what was obtain with the circuit in [A]. The fabricated MMIC chip measures
2.9 mm × 2.9 mm and is depicted in Fig. 4.20.
The measured PAE is shown in Fig. 4.21. As can be seen, the PAE at
9 dB OPBO is larger than 31% all across a 5.8–8.8 GHz frequency range,
constituting a 41% fractional bandwidth. This is considerably larger than the
6.7–7.8 GHz frequency range for which the circuit in [A] has a PAE larger
than 31% at 9 dB OPBO, thereby clearly demonstrating the advantage of the
modiﬁed DPA.
Modulated measurements are made with a 20 MHz 256-QAM signal hav-
ing 8.5 dBm PAPR. The DPD employed the same VS-GMP behavioral model
as used for the measurements in [A]. The result is shown in Fig. 4.22 where
it can be seen that PAEavg is larger than 32% across the 5.8–8.8 GHz fre-
quency range, which is in good agreement with the results in Fig. 4.21. The
corresponding ACPR and NMSE are lower than −46.6 dBc and −36.6 dB, re-
spectively, over the same frequency range. The average output power Pout,avg
is maintained within 27.4 ± 0.4 dBm across the 5.8–8.8 GHz frequency range,
corresponding to a peak power of 35.9 ± 0.4 dBm.
The eﬃciency reconﬁguration is veriﬁed by measurements at several fre-
quencies. Fig. 4.23 shows the result at 6.4 GHz and 7.8 GHz. As can be seen,
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Figure 4.22: Measured PAEavg, Pout,avg, NMSE and ACPR after DPD versus
frequency for the 20 MHz 256-QAM signal with 8.5 dB PAPR. All measure-
ments were made with the bias voltages VDS,m = 12.5 V, VDS,a = 28 V,
VGS,m = −2.52 V, and VGS,a = −4.85 V.
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Figure 4.23: Measured PAE versus output power at 6.4 GHz and 7.8 GHz for
diﬀerent combinations of VDS,m and VGS,a. VDS,a and VGS,m were set to 28 V
and −2.52 V, respectively, in all measurements.
the PAE is reconﬁgured in good agreement with the theoretical prediction in
Fig. 4.8b.
The raw linearity was also investigated and measurements show that very
good performance can be obtained by optimizing the bias-levels. The best re-
sult is found at 7.0 GHz where the bias setting VDS,m = 12.5 V, VDS,a = 28.0 V,
VGS,m = −2.47 V, and VGS,a = −4.35 V, gives an ACPR = −41.0 dBc,
NMSE = −34.2 dB, and PAEavg = 35.2%.
Comparing the results with what is reported for other published GaN
MMIC DPAs [65–67], [A] shows that the reported eﬃciency-bandwidth for
the circuit in [C] is by far the largest reported (see Table V in [C]).
As discussed in the beginning of this section, it is particularly interesting
to compare the results with what was obtained for the circuit in [A] since
it is made in the same process and has nearly the same center frequency.
The almost twice as large bandwidth reported in this section thereby clearly
illustrates the qualities of the modiﬁed DPA.
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4.5 Chapter summary
This chapter has addressed the inherent bandwidth limitation of the DPA. It
has been shown that the modiﬁed DPA has both a signiﬁcantly larger inherent
bandwidth compared to the standard DPA as well as reconﬁgurable eﬃciency.
Two demonstrator circuits were presented in order to verify the theoretical
ﬁndings. Measurements showed that both circuits provided state-of-the-art
performance in terms of bandwidth. The measurements also convincingly ver-
iﬁed the eﬃciency reconﬁgurability. The results thereby prove the utility of the
modiﬁed DPA and shows that it is a serious candidate for designing wideband
power ampliﬁers with high PAE in back-oﬀ.
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Chapter 5
Reaching super-octave
bandwidth
It was shown in the previous chapter that the modiﬁed DPA theoretically can
support bandwidths larger than one octave. However, although the demon-
strator circuits had state-of-the-art performance, their bandwidths were still
clearly lower than the theoretical performance. The main reason for this is the
non-ideal frequency response of the impedance inverter, imposed by the need
of compensating for the device output parasitics. In addition, the theory of
the modiﬁed DPA is based on an assumption of short circuit harmonics which
seldom is practically achievable, especially not in wideband designs.
An alternative method to extend the DPA bandwidth is to utilize the
Doherty-outphasing continuum, originally proposed in [68]. As will be shown,
this ideally enables bandwidths even larger than the modiﬁed DPA. However,
the idea is based on the same ideal assumptions as the modiﬁed DPA, i.e.
short circuit harmonics and ideal current sources. Just as for the modiﬁed
DPA, the output parasitics and harmonic terminations will therefore limit the
practical bandwidth also for an ampliﬁer based on the Doherty-outphasing
continuum. To enable bandwidth larger than one octave, the work in [D,E]
evolves the idea of the Doherty-outphasing continuum by presenting a linear
multi-harmonic analysis method that also accounts for output parasitics and
non-ideal harmonic terminations.
This chapter will ﬁrst show how the Doherty-outphasing continuum is
found and what its implications are. The linear multi-harmonic method pro-
posed in [D,E] is thereafter presented and it is shown how the method is used
to ﬁnd output networks that enable practical bandwidths even larger than
100%. Finally, the design and characterization of a dual RF-input ampliﬁer,
designed according to the ﬁndings from the linear multi-harmonic analysis, is
presented.
5.1 The Doherty-outphasing continuum
The schematic of the output network used to derive the Doherty-outphasing
continuum is depicted in Fig. 5.1. As for the ideal theory describing the
47
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Figure 5.1: Ideal output network schematic used to derive the Doherty-
outphasing continuum.
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Figure 5.2: (a) Scatter plot of the drain eﬃciency versus output power for the
network in Fig. 5.1 when θm = 90
◦ +m · 180◦ and θa = 0◦ + n · 180◦, m,n =
0, 1, 2, ... (b) The current control functions corresponding to the optimum
eﬃciency ηopt indicated by the red line in (a).
standard and modiﬁed DPAs, the sub-ampliﬁers are modeled as ideal half wave
rectiﬁed voltage controlled current sources having identical transconductance,
short circuit harmonics, zero knee-voltage, and drain-bias voltages VDS,m and
VDS,a.
The Doherty-outphasing continuum is found by analyzing how the average
drain eﬃciency depends on θm and θa when the remaining circuit values are
held constant. To facilitate such an analysis, a numerical brute-force method
is used where the output power and drain eﬃciency are calculated for a large
set of combinations of current amplitudes |Im|, |Ia|, and phase balances φ =
∠Ia/Im. Doing so yields a scatter-plot of drain eﬃciency versus output power
from where the optimum drain eﬃciency ηopt, and the corresponding values of
|Im|, |Ia|, φ, can be extracted versus output power.
For example, the standard DPA-parameters θm = 90
◦, θa = 0◦, ZC,m =
ZC,a = Ropt, RL = Ropt/2, gives the result in Fig. 5.2. As can be seen, both
the optimum eﬃciency ηopt, indicated by the red line, and the corresponding
current control, are identical to what is analytically derived in Chapter 2.
Using the described method, ηopt is extracted for each combination of θm
and θa when ZC,m = ZC,a = Ropt, RL = Ropt/2, VDS,m = VDS,a. With ηopt
known, (1.1) is used to calculate the average drain eﬃciency for the 6.7 dB
PAPR WCDMA-signal, for each combination of θm and θa. The result is
shown in Fig. 5.3 where it can be seen that the average eﬃciency varies from
less than 45% up to more than 70%, depending on the values of θm and θa.
It should be noted that the peak power is constant through out the ﬁgure.
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Figure 5.3: The average drain eﬃciency as a function of θm and θa for the
6.7 dB WCDMA-signal under optimum current control. The diamonds (♦)
and squares () indicates Doherty and outphasing solutions, respectively.
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Figure 5.4: Scatter plot of the drain eﬃciency versus output power for the
network in Fig. 5.1 when θm = 60
◦+m ·180◦ and θa = 120◦+n ·180◦, m,n =
0, 1, 2, ... (b) The current control functions corresponding to the optimum
eﬃciency ηopt indicated by the red line in (a).
Assuming the electrical lengths θm and θa at the design frequency f0, the
frequency response of ηavg is given by a straight line that passes through the
origin and (θm, θa). Hence, Fig. 5.3 can be used to ﬁnd how the frequency
response of ηavg depends on the f0-values of θm and θa. For example, the red
trace that passes through (90, 0) at f0 represents the frequency response for
the DPA. It should however be noted that the numerical method used to derive
the result implies optimum current control at each frequency. The red trace
in Fig. 5.3 should therefore be interpreted as what ideally can be achieved for
a dual RF-input DPA.
Fig. 5.3 also shows a blue trace representing the frequency response when
θm = 90
◦ and θa = 180◦ at f0. As can be seen, the average drain eﬃciency is
maintained high over a signiﬁcantly larger range than for the red trace. A very
interesting ﬁnding is made when analyzing how the mode of operation varies
along the blue trace: For example, the mode of operation at f0 is identical to
what is shown in Fig. 5.2 due to the 180◦ periodicity of transmission lines. That
50 CHAPTER 5. REACHING SUPER-OCTAVE BANDWIDTH
0 0.5 1 1.5 2
0
20
40
60
80
Normalized frequency
A
ve
ra
ge
 d
ra
in
 e
ffi
ci
en
cy
 (%
)
Standard DPA
Modified DPA
Dual RF−input DPA
Doherty−outphasing continuum
Figure 5.5: The average drain eﬃciency versus frequency for the red (Dual
RF-input DPA) and blue (Doherty-outphasing continuum) traces in Fig. 5.3.
For reference the results for the standard and modiﬁed DPAs are also shown
(previously reported in Fig. 2.9 and Fig. 4.4). The signal used is the
6.7 dB PAPR WCDMA signal.
is, the ampliﬁer behaves as a DPA. On the other hand, at 0.67f0 (θm = 60
◦,
θa = 120
◦); and 1.33f0 (θm = 120◦, θa = 240◦), the optimum eﬃciency-
trace and current control are as shown in Fig. 5.4. In this case, the ampliﬁer
behaves as an outphasing ampliﬁer where the amplitudes of Im and Ia are equal
while the phase balance φ changes. Hence, the mode of operation varies from
outphasing (), to Doherty (♦), and back to outphasing () when moving
along the trace. This is referred to as the Doherty-outphasing continuum.
The cross-sections of ηavg for the dual RF-input DPA and the Doherty-
outphasing continuum traces in Fig. 5.3 are shown in Fig. 5.5. For com-
parison, Fig. 5.5 also includes ηavg for the standard and modiﬁed DPAs when
ξb = 0.5, previously shown in Fig 2.9 and Fig 4.4. The ﬁgure clearly shows that
the Doherty-outphasing continuum, for which ηavg > 64% across a 100% frac-
tional bandwidth, has the most wideband performance of all the DPA-variants
presented in this thesis. In fact, to the best of the author’s knowledge, the
Doherty-outphasing continuum has a larger theoretical bandwidth than any
other variant of the DPA found in literature.
Finally, it is interesting to note that using θm = 90
◦, θa = 180◦ to obtain
large bandwidth shows large similarities to the recently proposed topologies
[57–59] discussed in the introduction to Chapter 4.
5.2 Realistic conditions
As shown in the previous section, the Doherty-outphasing continuum gives an
average drain eﬃciency that is maintained high over more than 100% band-
width. However, the ideal conditions used when deriving the continuum can-
not be expected in a real implementation. Hence, the practical bandwidth
of the Doherty-outphasing continuum is limited by the output parasitics and
the non-ideal harmonic terminations, just as for the modiﬁed DPA. In [D,E],
a linear multi-harmonic calculation method for calculating the eﬃciency and
output power under more realistic conditions is suggested. What diﬀerentiates
this method from the one used in the previous section is that no assumption
of harmonic terminations are made up to the harmonic order N > 1. All cur-
rents and voltages are therefore calculated up to this order. Also, the output
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Figure 5.6: Schematic of the non-ideal output network used when performing
the linear multi-harmonic calculations.
Table 5.1: Design parameter values and bandwidth performance of four diﬀer-
ent circuits (A-D).
Circuit Signal (PAPR) XCout/Ropt ZC,m/Ropt ZC,a/Ropt RL/Ropt
@ f0
A WCDMA (6.7 dB) 6.0 1.0 1.0 0.5
B WCDMA (6.7 dB) 1.0 1.0 1.0 0.25
C LTE (9.0 dB) 6.0 0.5 1.0 0.5
D LTE (9.0 dB) 1.0 0.5 1.0 0.25
Circuit VDS,a/VDS,m XL/Ropt θm θa ηavg ≥ 50%
@ f0 @ f0 @ f0 BW (%)
A 1.0 0.125 31◦ 73◦ 108
B 0.7 0.25 5◦ 25◦ 56
C 0.7 0.125 135◦ 60◦ 58
D 0.5 0.25 10◦ 20◦ 42
network, shown in Fig. 5.6, is made more realistic by introducing bond-wire in-
ductances and by using the simpliﬁed device model in Fig. 3.1. Hence, scatter
plots of the eﬃciency versus output power can be calculated in a similar way
to what was done in the previous section but under more realistic conditions.
Using the proposed method, the frequency response for the circuit in
Fig. 5.6 is calculated for a large set of circuit parameter values. Table 5.1
shows the optimum parameter values found for four diﬀerent combinations of
signal PAPR and output capacitances when assuming equally sized devices.
The values of XCout/Ropt (1.0 and 6.0, respectively) are chosen to illustrate
the dependence on diﬀerent device technologies and/or frequencies. Note that
all the values are given at the design frequency f0 and are normalized to Ropt,
thus making the result scalable and transferable in terms of power levels, drain
bias conditions, and frequency. The corresponding frequency response of ηavg
and Pmax are reported in Fig. 5.7. Deﬁning the bandwidth as the frequency
range for which ηavg ≥ 50% gives the bandwidths indicated tabulated in Ta-
ble 5.1. The largest bandwidth is reported for Circuit A and measures 108%
which is in-line with previous observations that low PAPR and small Cout
gives larger bandwidths.
5.3 Circuit implementation
The validity of the results reported in the previous section are examined in
[D,E] by the design and characterization of Circuit A. The circuit is imple-
mented using 15 W GaN devices (Cree CGH60015D) having Ropt = 27 Ω and
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Figure 5.7: The calculated average drain eﬃciency and peak power for the
circuits in Table 5.1. The peak power is given relative to the peak power of a
standard DPA using the same device sizes as used for the circuits in Table 5.1.
XCout/Ropt = 6 at f0 = 1.15 GHz. Implementing the circuit is straightforward
since it is made in exact correspondence with Table 5.1. Hence, the output
network consists of two transmission lines with the characteristic impedance
ZC,i = 27 Ω and the electrical lengths θm = 31
◦ and θa = 73◦. The desired
load impedance is realized by a stepped impedance transformer that trans-
forms 50 Ω to RL = 13.5 Ω. Each of the input networks are realized with a
stepped impedance inverter that together with a stabilizing network ensures
stability without sacriﬁcing to much gain. The required control of Im and Ia is
enabled using a dual RF-input conﬁguration. The assembled circuit measures
166 mm × 81 mm and is depicted in Fig. 5.8.
Figure 5.8: Photo of the assembled circuit.
5.4 Measurement results
The CW-measurements are made by sweeping the amplitude and phase of
the RF-input signals over a large range of values. The result is shown for a
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Figure 5.9: Measured PAE versus output power for diﬀerent driving conditions
and frequencies. The red lines shows the maximum PAE (PAEopt) versus
frequency.
Table 5.2: Summary of results from modulated measurements with DPD.
Freq. Pout,avg PAEavg NMSE ACLR
1.2 GHz 36.1 dBm 50% −46 dB -61 dBc
2.3 GHz 35.3 dBm 40% −42 dB -57 dBc
selection of frequencies in Fig. 5.9 and is used to identify the driving conditions
that gives the optimum PAE (PAEopt) at each frequency.
Fig. 5.10 shows the measured performance at 6 dB OPBO and at peak
power, which varies between 43.1 and 44.9 dBm, versus frequency. The ﬁgure
shows that the PAE at 6 dB OPBO is larger than 45% across the 1.0–3.0 GHz
frequency range. Unfortunately, measured S-parameters of the ampliﬁer indi-
cates that the realized input matching network cannot provide a good input
match above 3.0 GHz. The result is a rapidly dropping gain above 3.0 GHz and
consequently decreased PAE. In addition, the low gain in combination with
a lack of suﬃcient pre-drivers prevented measurements above 3.1 GHz. De-
spite this problem, the circuit is one of the most wideband PAs with enhanced
back-oﬀ eﬃciency ever reported.
In order to evaluate the usefulness of the circuit in real applications, the
PA is further characterized by modulated and linearized measurements at 1.2
and 2.3 GHz for the 6.7 dB PAPR WCDMA signal. Although the circuit was
driven 2–3 dB below its peak power, the results in Fig. 5.11 and Table 5.2
clearly shows that it can be properly linearized
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Figure 5.10: Measured power added eﬃciency and gain under optimum driving
conditions.
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Figure 5.11: Measured spectrum before and after DPD for the 5 MHz 6.7 dB
PAPR WCDMA-signal.
5.5 Chapter summary
This chapter has addressed the issues of designing DPA with super-octave
bandwidths in the presence of device parasitics and non-ideal harmonic termi-
nations. It was shown that the Doherty-outphasing continuum ideally provides
a bandwidth that is signiﬁcantly larger than for both the standard and mod-
iﬁed DPAs. However, since the Doherty-outphasing continuum is based on
ideal conditions it does not solve the issue of device parasitics and non-ideal
harmonic terminations. A linear multi-harmonic calculation method, inspired
by the Doherty-outphasing continuum, that also accounts for output parasitics
and non-ideal harmonic terminations was therefore proposed. By using this
method, it was possible to design a circuit that provided high eﬃciency over
a bandwidth signiﬁcantly larger than one octave. The presented circuit uti-
lizes dual RF-inputs and it can be argued that one of the largest beneﬁts of
the DPA has been sacriﬁced, i.e. its simplicity. However, it is reasonable to
believe that there are applications where the increased complexity can be well
motivated by the large bandwidth obtained.
Finally, it should be stressed that the presented circuit is a ﬁrst try of
utilizing the linear multi-harmonic calculation method. The full potential of
the proposed method is therefore most certainly yet to come.
Chapter 6
Conclusions
The capacity and speed of the wireless data infrastructure constantly needs to
be improved to meet the vast demand of wireless data. As discussed in the
introduction, this has imposed new and more severe demands on the energy
eﬃciency and frequency agility of the transmitter PAs.
The DPA has for many years been the workhorse in wireless transmitters
thanks to its high energy eﬃciency and low complexity. The often narrowband
performance does, however, make it diﬃcult for the DPA to meet the increasing
demands of frequency agility.
This thesis investigates the theoretical and practical bandwidth limitations
of the DPA. It is acknowledged that the reasons why the DPA often becomes
narrowband can be attributed to its inherent properties, and to the practical
implementation of its output network. Three methods, that one-by-one enables
the DPA to provide larger bandwidth, are therefore presented.
Experimental validation of the methods show that bandwidths larger than
40% are made possible for GaN MMIC single RF-input DPAs targeting mi-
crowave PTP-link applications. The excellent performance and high level of
integration also makes integrated DPAs interesting candidates for use in mas-
sive MIMO-systems. Moreover, it is shown that enhanced back-oﬀ eﬃciency
can be obtained for bandwidths larger than 100% when introducing dual RF-
inputs. Although doing so inevitably increases the complexity of the transmit-
ter, it is realistic to believe that it still can be motivated in applications with
very high demands on performance.
The large bandwidths reported in this thesis shows that the DPA no longer
needs to be considered as a necessarily narrowband ampliﬁer and the major
disadvantage of the DPA is thereby eliminated. Hence, the DPA might very
well be the power ampliﬁer of choice also in future wireless systems.
6.1 Future work
The bandwidth enhancing techniques proposed in this thesis are all imple-
mented at low to medium power levels (<15 W) and their applicability in high
power applications should be investigated. In particular, the parasitic absorb-
tion technique, used in the modiﬁed DPA circuits, might not be applicable at
higher powers due to the associated large package and device parasitics. It
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should therefore be investigated how other parasitic compensation methods,
that are more suitable for high power applications, aﬀect the bandwidth of the
modiﬁed DPA.
The linear multi-harmonic calculation method presented in [D,E] is better
suited for high power levels since it can be adjusted to account for the necessary
parasitics. The full potential of the method is however yet to explore. For
example, its computational eﬃciency can be much improved by introducing
more sophisticated optimization algorithms. This would for example enable
the study of more complex output networks. The possibilities of applying the
method on single RF-input conﬁgurations should also be investigated.
This thesis has not examined the frequency agility in terms of concur-
rent multi-band operations. The theoretical ﬁndings in [c] show that wide-
band performance not automatically implies correct functionality under such
conditions. It should therefore be investigated how applicable the wideband
techniques proposed in this thesis are for concurrent multi-band operation.
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